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Abstract—This paper presents a W-band receiver chipset for
passive millimeter-wave imaging in a 65 nm standard CMOS
technology. The system comprises a direct-conversion receiver
front-end with injection-locked tripler and a companion analog
back-end for Dicke radiometer. The receiver design addresses the
high 1/f noise issue in the advanced CMOS technology. An LO
generation scheme using a frequency tripler is proposed to lower
the PLL frequency, making it suitable for use in multi-pixel sys-
tems. In addition, the noise performance of the receiver is further
improved by optimum biasing of transistors of the detector in
moderate inversion region to achieve the highest responsivity and
lowest NEP. The front-end chipset exhibits a measured peak gain
of 35 dB, —3 dB BW of 12 GHz, NF of 8.9 dB, while consuming
94 mW. The baseband chipset has a measured peak responsivity
(R,) of 6 KV/W and a noise equivalent power (NEP) of 8.54
pW/ Hz'/?. The two chipsets integrated on-board achieve a total
responsivity of 16 MV/W and a calculated Dicke NETD of 1K with
a 30 ms integration time.

Index Terms—CMOS, detector, frequency conversion, mil-
limeter-wave, 94 GHz, passive imaging, radiometer.

I. INTRODUCTION

ILLIMETER-WAVE (MMW) radiometers have been
M around since the 1960s. Nevertheless, only recently
real-time MMW imaging techniques have become increasingly
more attractive to the military and the public as a result of
rapid progress in monolithic MMW integrated circuit tech-
nologies [1]. Applications of MMW imaging include remote
sensing [2], security surveillance [3], and nondestructive in-
spection for medical and environment field [4], [5]. Passive
MMW (PMMW) imaging is specifically attractive because its
detection of emitted thermal radiation from a scene reduces
public health concerns for medical applications and security
concerns for military applications [6]. Current imaging sys-
tems using mechanical scanning employ high-performance
low-noise receivers (RXs) implemented in III-V compound
semiconductor technologies with low-level of integration.
Benefiting from silicon technology scaling, the continuing
increase in f; enables the integration of highly complex MMW
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systems, such as 60 GHz high data rate wireless communica-
tion [7], [8] and 77 GHz automotive radar system [9]-[11],
in a single die. Moreover, high packing density of silicon
(and in particular, CMOS) technologies enables the possibility
of building low-cost multi-pixel focal plane array (FPA) for
PMMW imaging at W- and D-band frequencies. Several MMW
front-ends have been developed for imaging systems [12]-[16],
while a 94 GHz SiGe PMMW imaging IC with integrated
detector is reported in [17].

CMOS, with its superior integration capability and lower cost
in high volumes, is poised to be the ultimate solution for a fully
integrated PMMW imaging system. Nevertheless, high 1/f noise
of MOS power detectors (used in an all CMOS implementation)
necessitates the use of a switched-based Dicke system. In [18],
a 94 GHz CMOS PMMVW imaging is demonstrated. However,
due to the inherent lower available gain and higher 1/f noise, the
circuit performance in [18] may not meet a practical PMMW
imaging’s sensitivity requirement. To address these challenges,
a high-gain, low-power W-band direct-conversion front-end RX
is presented. The proposed chipset incorporates an injection-
locked tripler for LO generation and an analog back-end de-
tector realizing a Dicke radiometer in a 65 nm standard CMOS
process. This prototype mitigates the aforementioned issues at
both architecture- and circuit-level design, demonstrating the
feasibility of using CMOS for future generations of low-cost
multi-pixel portable passive imaging cameras.

The remainder of this paper is organized as follows. Section II
discusses the background and design requirement for PMMW
imaging system. In Section III, we describe the RX architecture
and system-level considerations for CMOS implementation.
The design and analysis of the RX front-end and detector base-
band chipsets are described in Sections IV and V, respectively.
Measurement results of the RX are presented in Section VI.
Finally, Section VII provides concluding remarks.

II. SYSTEM CONSIDERATION

A. Radiometer Background

The radiometer employs a very sensitive RX to detect the
power (Pg) emitted from the radiating object which can be ex-
pressed as Pr = kTg B, where Pg is the noise-like input signal
(called signal-noise throughout the paper) power the RX col-
lects, B is the bandwidth of the front-end RX and T is the
effective radiometric temperature [6]. For imaging application,
the input temperature range of the radiometer is 0-313K [19].
The main parameter in the radiometer design is the sensitivity
of the constituent RX. Noise equivalent temperature difference
(NETD), which is a measure of the sensitivity, is defined as the
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effective radiometric temperature difference AT, producing a
DC voltage at the RX’s output, which is equal to the rms value of
the output fluctuations due to the RX noise [20]. Given the RX’s
noise temperature 7, the relationship between NETD and Ty
is expressed as [20]

TN
VBurTeB

where By g is the bandwidth of the RX front-end and 75 5 is the
integration time at the baseband. In order to generate real-time
images, the integration time of the imager should not be greater
than about 10-25 ms [21]. For instance, if Bgr = 10 GHz
and 7 = 20 ms, the RX with a Ty of 3000K will have
an NETD of 0.21K. For a radiometer used in imaging appli-
cation, the NETD must be less than 1K for acceptable image
quality [22].

NETD = ey

B. Dicke Radiometer

The RX’s NETD is lowered by increasing either By p or
Tpp. Ideally, the output fluctuation can be reduced by in-
creasing the integration time. However, when integration time
reaches milliseconds to seconds range, gain variation in the
high-gain amplifier can no longer be neglected. This is because
the RX cannot differentiate the output voltage change caused
by gain variation from the change in the input signal-noise
power. Therefore, the NETD of the RX is expressed as [20]

1 \° [AG\?
v = (5 LY (29) g

where AG is the effective gain variation and G is the average
power gain. For example, the RX with a 3000K system noise
temperature 1y indicates an NETD of 3K if the average 30 dB
(Go) front-end gain increases by 0.004 dB. To improve accu-
racy of the radiometer, the Dicke RX is chosen to solve the
gain fluctuation [23]. A Dicke switch is inserted at the front-end
input right after the antenna to switch between the input antenna
and a reference load. As the modulation frequency is higher
than the gain fluctuation frequency, it is possible to detect the
signal-noise in the presence of gain variation. Since the RX
only receives the input signal-noise one half of the time, the RX
sensitivity is degraded as a trade-off of using Dicke RX archi-
tecture, i.e., NETD = 27 /v/Brr7pp. Although the Dicke
RX’s NETD is twice that of an ideal radiometer (obtained above
to be 0.21K), the 0.42K Dicke NETD is still much lower than
the 3K NETD caused by the 0.004 dB gain variation. Note that,
in an imaging system, the noise temperature from thermal back-
ground, antenna loss, SPDT Dicke switch loss, and interconnect
loss should also be accounted for in the NETD budget. Since the
significance of some of these sources of loss depends on the im-
plementation and Ty is usually the main contributor to the total
noise temperature of the system, only T’y is used in NETD cal-
culation. The Dicke switch loss also degrades the system NETD
and its effect will be explained in more detail in Section III-D.

III. PMMW IMAGING RECEIVER ARCHITECTURE

A. Direct-Conversion Receiver

Traditionally, PMMW imaging RX employs two types of ar-
chitectures: direct detection [17], [24] and frequency conver-
sion (e.g., direct conversion, heterodyne, and etc) [25]. The SiGe
BiCMOS technology is the best platform to implement a prac-
tical PMMW system using direct-detection structure, as shown
by a number of recently published works (including a paper re-
cently presented in [26]). However, in the current 65 nm CMOS
process, the insufficient front-end gain, poor isolation, and poor
detector noise performance at 94 GHz prevent the use of direct-
conversion architecture to design a practically viable PMMW
system. Instead, a direct-conversion architecture meets the strin-
gent noise and gain requirements of a PMMW system. Although
SiGe BiCMOS provides better performance, the CMOS MMW
front-end can be seamlessly integrated alongside digital base-
band circuit, thereby leading to a low-power and high perfor-
mance system.

Since there is no phase information in the received signal-
noise, the direct conversion (with an LO frequency exactly in the
middle of the wide RF band) does not necessarily need I/Q path.
Moreover, the baseband bandwidth is reduced to one half of the
RF bandwidth because of the frequency folding. Therefore, the
proposed RF front-end chipset uses direct-conversion architec-
ture to reduce chip area, as the wide bandwidth (e.g., 10 GHz)
and high gain (e.g., 20 dB) requirements for an IF amplifier in a
heterodyne architecture require maximizing the gain-bandwidth
products, thereby mandating the use of bulky inductors (as part
of series and/or shunt peaking passive networks) for bandwidth
enhancement. Phase-locked loop (PLL)-based frequency syn-
thesizers are commonly used [27] to generate the LO signal in a
frequency conversion RX for wireless communication applica-
tions. An injection-locked frequency tripler has been chosen to
generate the LO signal from the low frequency external source.
The proposed LO generation scheme reduces the LO frequency
to 30 GHz, making it markedly easier for routing/distribution
and enabling LO sharing in a multi-pixel imager.

The high gain requirement in the PMMW RX is due, in part,
to a large noise floor of the detector. It is, therefore, necessary
to minimize the detector’s noise equivalent power (NEP) (which
is a measure of the detector’s sensitivity) so as to reduce the re-
quired pre-detector’s amplifier gain. Responsivity measures the
detector’s gain, defined as the output DC voltage divided by the
incident power to the detector, while the NEP is calculated as
the RMS output noise voltage divided by the detector’s respon-
sivity (see Sections V-A and V-B). In this design, a baseband
detector, comprised of transistors biased in moderate inversion,
is proposed to achieve better responsivity and lower NEP. In ad-
dition, a baseband detector achieves lower NEP compared to an
RF detector, which is another reason why direct-conversion ar-
chitecture is chosen.

Fig. 1(a) shows the block diagram of the direct conversion
PMMW imaging RX. A two-chip solution is chosen to ensure
testability at both system- and circuit-level. The chopped input
signal with frequency band from 80 to 92 GHz is amplified by
a five-stage common-source (CS) LNA. The amplified signal is
mixed down to 0.1-6 GHz frequency band by an 86 GHz LO
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Fig. 1. PMMW imaging chipset. (a) Block diagram. (b) Waveforms at different
nodes.

signal provided by the frequency tripler. After frequency con-
version, the chopped signal is amplified by a two-stage wide-
band amplifier. The signal is then fed to the baseband chip,
which performs energy detection, synchronization and integra-
tion to generate the output voltage proportional to the scene tem-
perature. The wideband detector converts the chopped and am-
plified signal from the front-end chip into a 100 MHz modulated
baseband signal, which is then amplified by a variable-gain am-
plifier (VGA). A baseband chopper, which is synchronized to
the front-end chopper, converts the modulated signal into a con-
stant DC level using a 500 kHz low-pass filter.

B. 1/f Noise

One important issue regarding advanced CMOS process is the
higher 1/f noise corner frequency compared to III-V and SiGe
compound semiconductor technology. 1/f noise causes DC drift
at the RX’s output, which affects the RX’s NETD in a similar
way as the RX’s gain fluctuation, and thus will be alleviated
using Dicke architecture. By increasing the switching frequency
higher than the 1/f noise corner frequency, the 1/f noise con-
tribution on the RX’s NETD will become negligible. The 1/f
noise corner in a 65 nm CMOS process is between 100 MHz and
1 GHz. Conventional mechanical chopper with electronic-wave
absorber has a maximum speed limit of around 200 Hz [28].
Because of its faster switching speed, an electronic switch is
thus preferred to reduce the RX’s NETD. Fig. 2 shows mea-
sured output noise spectrum of the detector along with 1/f noise
fitting line. The detector noise floor, measured using the spec-
trum analyzer, is captured from 100 kHz to 100 MHz with res-
olution bandwidth (RBW) of 1 Hz. As shown in this figure,
at 30 MHz, the noise PSD is approximately 5 dB higher than
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Fig. 2. Measured output noise of the detector with curve fitting.

that at 100 MHz corner frequency. This means that switching at
30 MHz still greatly reduces the 1/f noise.

C. Phase Noise

Since the received signal is downconverted to a zero-IF fre-
quency by an LO signal, inevitably the oscillator noise is also
downconverted, which affects the noise floor of downconverted
signal, and thus, the RX’s noise figure (NF). In contrast to con-
ventional wireless communication systems, there is no specific
high power RF interference in the RX band of 80-92 GHz. As-
suming the highest neighboring blocking signal is no larger than
the expected received RF signal of kT'B = —62.5 dBm (where
B = 10 GHz), the noise power P, at an offset frequency of
100 MHz introduced by the LO phase noise is calculated as
P, = Py + L{Af = 100 MHz}. In order to ensure that
the LO phase noise contributes negligible noise to the RX at
the frequency offset of 100 MHz, based on assumed blocking
signal level of —62.5 dBm, the LO phase noise needs to be
—174 — (-62.5) = —111.5 dBc/Hz.

D. Dicke Switch Insertion Loss

The insertion loss of the Dicke switch at the RX’s input di-
rectly degrades the RX responsivity and NEP. In order to meet
the 1K NETD requirement, the insertion loss should be kept
lower than 3 dB for our designed RX. However, on-chip SPDT
switch in 65 nm CMOS exhibits an insertion loss of 4-5 dB [18].
Therefore, in this prototype, to maximize the power detection
performance of the RX in 65 nm CMOS, Dicke switch modu-
lation is emulated off-chip to compensate for the gain variation
and improve the RX sensitivity.

IV. PMMW IMAGING RECEIVER FRONT-END

A. Passive Components

Passives are considered to be the key components in
the MMW IC design. Transmission lines (T-lines) provide
better model accuracy than inductors due to the well-defined
ground planes. However, the use of T-lines results in a notice-
able increase in chip area. Slow-wave coplanar waveguides
(SW-CPWs) are thus used as part of the on-chip matching
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Fig. 3. SW-CPW and microstrip comparison. (a) Transmission loss. (b) @
factor. (c) FOM.

networks in our design [29], [30]. The top two metals are
shunted together and used for the signal line. The coplanar
grounds are shunted with all metal layers M3-M7, since the
lowest two are used for floating shield. To ensure that the two
coplanar ground planes are at the same potential, underpasses
using metal layers M3-M5 are used. These underpasses use
minimum width allowed by the technology in order to suppress
the induced current flow in the direction of signal propagation.
Metal density requirement is met by efficient use of all metal
layers in the ground plane, as for middle conductor, the require-
ment is met by the periodic underpasses.

Since the characteristic impedance is close to 50€2, in
order for a grounded CPW to achieve such high characteristic
impedance, the ratio W /(W + 2S) must decrease (W: width,
S: spacing). A grounded CPW (GCPW) with W = 3 ym and
S = 20 pm can achieve this characteristic impedance. A GCPW
with such a wide spacing is roughly equivalent to a microstrip
with M1 ground shield. The width and spacing of SW-CPW are
10 pm and 20 pm, respectively. A microstrip with W = 3 ym
with M1 ground shield is used for comparison. The EM simu-
lated result includes skin effect as well as substrate loss. In the
EM simulation environment, substrate loss is set to 10 €2 - cm.
In addition, the SiO- dielectric loss is also taken into account

in the EM simulation with loss tangent of 0.01. Microstrip lines
achieve losses of 1.2 dB/mm at 30 GHz and around 1.8 dB/mm
at 90 GHz, as shown in Fig. 3(a), which is mainly attributed
to the shorter line width. The SW-CPW achieves 0.9 dB/mm
attenuation at 90 GHz. Moreover, the high relative dielectric
permittivity of 10 achieved by the SW-CPW compared to
just 4.5 for the microstrip line means that an effectively long
electrical length can be realized using a shorter physical length.
Fig. 3(b) also compares the quality factors (Q)), as defined in
[31], of the microstrip line and the SW-CPW. At 90 GHz, an
SW-CPW achieves a Q of 26.3 compared to only 8.9 achieved
by a microstrip line. Note that the improvement in overall @
of the SW-CPW compared to a microstrip line is a result of a
given line-to-ground distance and shorter line width. Finally,
an appropriate figure-of-merit (FOM) for the T-line’s loss is
(a/B) or (dB/rad), which takes into account the wavelength
due to increased permittivity. The major benefit of slow-wave
structure is evidenced in Fig. 3(c). It shows that for the same
phase delay, the SW-CPW has lower loss than a microstrip line.

B. LNA

The LNA schematic is shown in Fig. 4(a), which consists
of a five-stage SW-CPW-based CS amplifier (similar to [32]).
Cascode topology is known to provide high gain and good
input-output isolation for stability. However, it begins to lose
its high gain advantage for operation frequencies close to the
transistor’s fr, due to relatively large parasitic capacitance at
the drain node of the CS transistor (intermediate node), and
the substrate resistance of the common gate (CG) transistor.
In addition, insufficient voltage headroom limits the dynamic
range of cascode topology compared to CS structure. Although
adding an inductor between the CS and CG stages [33], [34]
can boost high-frequency gain by resonating out the parasitic
capacitors, the low supply voltage in 65 nm CMOS still limits
the cascode topology to achieve high gain and good linearity
in W-band [35]. In addition, this inter-stage inductor leads
to complex layout and larger chip area. This is because the
drain of CS and source of CG stage in a cascode topology
are normally shared to achieve a compact layout. In spite of
the poor isolation between input and output of CS topology, it
is possible to achieve good gain and noise figure using a CS
LNA by proper design and careful layout of active and passive
elements.

The matching is performed using SW-CPWs, where they are
used as series and shunt stubs. The width and spacing of the
SW-CPW are 10 pm and 20 p4m, respectively, to achieve a char-
acteristic impedance of 50 2. The alternate floating shields are
implemented using the two lowest metal layers each with 1 pm
width. In [31], it is shown that in matching networks, T-lines
store mostly magnetic energy. Hence, the T-line’s loss is mostly
attributed to @@ 7,. At 90 GHz, a CS stage is conditionally stable.
This means that the input and output matching networks of each
stage have to be carefully designed to avoid stability issue [36].
Hence, the CS-based LNA design involves a trade-off between
gain, stability and noise figure. Fig. 4(b) shows how the input
matching is performed on the Smith chart. Input stability circle,
available gain and noise figure circles are all overlaid on the
same Smith chart. Starting from 50 €2 input, the pad and MIM
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Fig. 4. (a) Five-stage LNA schematic. (b) LNA matching curve.

capacitor move the impedance to point p1 and p2. The matching
is finalized with series and shunt T-line (point p3). The de-
sign does not intend for optimum noise figure, as it would de-
grade gain and input matching. The output matching circuit is
designed in a similar fashion, in which power gain circles to-
gether with the output stability circle are used to determine the
optimum matching point.

The five-stage LNA takes advantage of accurate modeling
of passive components and uses equally sized transistors to re-
duce the modeling inaccuracy in W-band. Both the input and
output ports are matched to 50 €2 with pad’s parasitic absorbed
as part of the design for both direct and in sifu probing. Each
transistor is biased separately to balance between noise figure
and gain. Small source degeneration inductors around 20 pH are
introduced to model the non-ideal connection to the mesh-type
ground plane. RC networks at the supply line and gate terminal
of the transistor [shown in Fig. 4(a)] are included to ensure low-
frequency stability of the amplifier. They prevent resonances be-
tween RF shunt capacitance and the inductance of the dc probes.
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Fig. 5. Schematic of (a) mixer and (b) zero-IF amplifier.

C. Mixer and Zero-IF Amplifier

The mixer’s schematic is shown in Fig. 5(a). Since the IF
frequency band (0.1-6 GHz) is far from the LO frequency
(90 GHz), the LO feedthrough can be suppressed at the mixer’s
output, therefore, a single-balanced mixer is chosen for better
noise performance. A SW-CPW T-line is inserted between the
drain of M3 and the common source node of M; » to increase
the conversion gain of the mixer over the wide 6 GHz frequency
range. A balun converts single-ended LO from the tripler to
a differential signal. The simulated in-band (80-92 GHz) in-
sertion loss of the on-chip balun is less than 2 dB. In order to
minimize the gain and phase mismatch, the balun is placed
close to the mixer in the layout. The mixer’s output is connected
to the input of the first-stage zero-IF amplifier. Fig. 5(b) shows
the schematic of the amplifier. The input of the amplifier is
AC-coupled with a low cut-off frequency at 100 MHz to re-
move the DC offset voltage from the mixer. In order to achieve
the required 6 GHz bandwidth without using area inefficient
inductors, an active feedback amplifier is utilized. Two active
feedback amplifiers are cascaded to achieve 20 dB gain over
the 6 GHz bandwidth [37]. To reduce the input-referred noise
of the amplifier, a third-order gain stage with higher gain
bandwidth product is chosen to reduce the number of stages to
two [Fig. 5(b)].
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D. Tripler

The tripler is designed to cover a wide frequency range from
80 to 92 GHz to compensate for the frequency shift due to in-
accurate passive modeling and parasitic of active devices, in
addition to process variation. The tripler’s schematic is shown
in Fig. 6 [38], which consists of two parts: harmonic genera-
tion circuitry and injection-locked oscillator (ILO). The 30 GHz
input signal is ac coupled to harmonic generator M1 which is
biased to maximize third harmonic strength. The drain voltage
of M1, Vpp,; in Fig. 6, is fed through the primary coil of the
transformer. The stacked transformer is realized in the top two
metal layers with 26 p/m outer diameter and 4 ;sm metal width.
The secondary coil is center-tapped to ground using lower metal
layers for better port-to-port isolation. The simulated coupling
coefficient is 0.71 at 90 GHz. The ILO tank consists of a center-
tapped inductor with 35 pH half-inductance, two accumulation-
mode varactors C1 and C2, and parasitic capacitance at the drain
nodes of cross-couple pair (M2, M3). The one-turn octagonal
center-tapped inductor L1 is built by shunting the top two metal
layers to reduce resistive loss. Varactors (C1 and C2) are em-
ployed to tune the natural oscillation frequency of the ILO so as
to further increase the locking range of the tripler. The common-
mode resistor [2,, is a 20 €2 poly-resistor which lowers the gate
voltage of C1 and C2, therefore makes full use of the tuning ca-
pacity of the varactors to increase the tuning range of the ILO.

In order to have a wide locking range, it is highly desired to
maximize the magnitude of the generated third-harmonic signal
which is mainly determined by bias condition and the size of the
transistor. The strength of the third harmonic component [39]
can be expressed as

I _ sin (%) cos (%) — 3cos (%) sin (%) 3

127 (1 — cos %)

Imax

by normalizing the amplitude of third harmonic I3 to that of
overall drain current [,,x, shown in Fig. 6. Therefore, the op-
timal gate bias voltage can be achieved due to the relation-
ship of the gate bias voltage with the conduction angle ¢ =
2 cos (Vi — Viias )/ Vi), where Vyy, is threshold voltage, Viias
is gate bias voltage and V; is the input amplitude. In order to
guarantee stable oscillation start-up accounting for PVT varia-
tion, the loop gain should be larger than two across the entire
bandwidth. The transformer is EM simulated using Sonnet with
all the losses taken into account, and the simulation result shows
that the loop gain is above 2.5 for the whole frequency range.

V. PMMW IMAGING RECEIVER DETECTOR BASEBAND

A. Transistor Optimization for Maximum Second Order
Nonlinearity of the CMOS Detector

In order to minimize the RX’s NETD, not only the MMW
front-end is designed to maximize gain with minimum noise
added to the RX, the detector — which acts as a key block for
signal-noise detection — is also designed for higher respon-
sivity and lower NEP. This section describes the analysis of
square-law characteristic of a short-channel transistor under
different bias conditions. Unlike a long-channel transistor
with square-law characteristic, a short-channel transistor has
a super-linear I-V relationship, which limits the transistor’s
capability to generate even harmonics to increase the detector’s
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responsivity. As will be explained in the following, by proper
biasing, the short-channel transistor can generate relatively
large second order harmonics to improve the detector respon-
sivity and NEP.

The I-V equation of a MOS transistor using short-channel
model is expressed as [40]

1 w
ID = _/L(]Ooa:_
2 L 1+ Mo
VsatL

(Vas — Vru)®
+ 9) (Vas — Vo)

“4)

where pi is the “low-field” carrier mobility, C,,,. is the oxide ca-
pacitance per unit gate area, W and L are the channel width and
length, Vrr is the threshold voltage, v4,¢ is the carrier satura-
tion velocity (about 107 cm/s), f is a fitting parameter roughly
equal to (10™7/t,,.) V™1, and t,, is the oxide thickness. Equa-
tion (4) is rewritten as

) (Vaso — Vi
Ip = Ipg+ Z 7 GSO TH)vn )

gs

where

w (VGSO — Vru)®

1
5/1'000.@7 )
1+ ( + 9) (Vaso — Vr)

Vaso is the gate bias voltage of the transistor, and v, is the
small-signal gate-source voltage. For small-signal detection, Ip
is approximated as

Ipo =

2Ugq¢ L

1"Vaso — Vrw) o
Voo
2! g8

Ip = Ipo+ ' (Vaso—Vrm)vgs + (6)

For an input signal below 100 mV, the truncation error for the
second-order approximation in (6) will be within 0.002%. This
approximation is sufficiently accurate, because in a PMMW
system, the detector’s input power normally varies from —40
to —20 dBm [19].

The combined output current of the differential pair M1-M2
in Fig. 7 can be expressed as

IDl = ZIDO + f”(VGSO - VTH)UZS' (7)

The first-order harmonic of Ip; is canceled, while the
second-order harmonic are added up. Moreover, the differen-
tial configuration of Fig. 7 (with drain terminals connected
together) removes the first-order harmonic at the output. This
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is necessary for a broadband detector, because the presence
of input signal at the output without sufficient filtering may
overwhelm the weak second-order harmonic at the detector’s
output, leading to a reduction in responsivity. Considering that
the replica stage shown in Fig. 7 provides a reference current
of Ips = 21po, the output current of the detector is

I, = Ip1 — Ipz = f"(Vaso — Vra)v, ®)
where

" (Vaso — Vru)
w
= NOOoxf [1 -3 <21/ 7 + 9) (Vaso — VTH):| .
sat

Equation (8) shows that the output current is linearly propor-
tional to the input power.

The relationship between f”(Vgso — Vry) and gate bias
voltage with different transistor length is plotted in Fig. 8(a).
The W /L ratio is kept constant for different channel length L
to evaluate the dependence of f”(Vgso — Vrm) on L. From
Fig. 8(a), the maximum value of " (Vo — Vo) occurs in the
moderate inversion region where the gate voltage is just above
the threshold voltage. In addition, for smaller channel length,
the f(Vgso — Vrm) will reduce. Such dependence matches
well with what is predicted from (8).

The detector responsivity R, is derived as follows:

8 Ld

2502, 2, Vil _ "(Vaso —

Vi 2
2Ry

where R, is the real part of the detector’s input impedance, and
Ry is the load resistor at the output of the detector. Equation (9)
states that maximizing f”'(Vgso — Vrg) will readily result in
maximum responsivity.

The detector’s NEP is determined by the detector output noise
and detector responsivity. The detector’s output noise is caused
by channel’s thermal noise, load resistor’s thermal noise and
transistor’s 1/f noise. Therefore, the NEP becomes

m

Vrw)

RrRy (9)

NEP =
% 4kT'79m Ry + VAET Ry + \/ mgm Ry,
R’U
(10)
where
w
9m = /LOOoa:f (VGSO - VTH)

3 Ho 2
—— 0| (Ve -V
2 (21/SatL + ) (Vaso i)

It is observed that the minimum NEP happens when the detector
responsivity R, is maximized. In addition, transistors biased at
the maximum detector’s responsivity have lower g,,,, which fur-
ther reduces the detector NEP. Simulation result of the R, and
NEP with respect to gate bias voltage, shown in Fig. 8(b), proves



ZHOU et al.: A W-BAND CMOS RECEIVER CHIPSET FOR MILLIMETER-WAVE RADIOMETER SYSTEMS 385

0.1
& 0.08 |
3
~0.06 |
a8
< 0.04 |
~
Q
o
% 0.02 |
0 .
0 0.2 04 0.6 0.8 1 1.2
Gate bias voltage (V)
(@)
300 ; 106
el ivi
250 Responsivity 107
~ —e—NEP &
= 200 108 "N
S :
S 150 100 2
z o
& 100 1010 W
F4
50 10-11
0w 1012
0 0.2 0.4 0.6 0.8 1 1.2
Bias voltage (V)

(b)

Gain (dB)

0.1 1 10
Frequency (GHz)

©

100 1000
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that by biasing the transistor in moderate inversion region, the
detector can achieve the maximum responsivity and minimum
NEP, simultaneously. In this simulation, the nMOS transistor’s
channel length and width are 0.12 ym and 32 pm, respectively,
with a threshold voltage of 0.58 V. Additionally, the 1/f noise is
minimized by using non-minimum length transistors. Although
the above analytical study is based on simplified short-channel
model for transistor in saturation region, it accurately predicts
that the optimum detector’s responsivity and NEP are achieved
for the bias voltage around the threshold voltage.

Taking transistor’s length as a parameter, we found that the
detector achieves higher R, and lower NEP by using longer
length transistors, justifying the reason for using detectors at
lower frequency rather than at RF frequency. Since the detector
works as a non-linear circuit, small signal model does not suit to

determine the detector’s bandwidth. However, the signal band-
width is only limited by the detector’s input, because its output
is DC voltage. Therefore, the 3-dB corner frequency of the de-
tector is f_sqp = 1/(27Rs(Css + Cap)), where Rg is the
source impedance, and Cg s, Cip are the gate-source and gate-
drain capacitors, respectively [41]. Although the power detector
with a long channel device exhibits larger second-order har-
monics and lower 1/f noise, its bandwidth will decrease. Sim-
ulation result in Fig. 8(c) shows the trade-off between tran-
sistor length and the detector bandwidth, which indicates that
the length of 0.12 pm is optimum for 10 GHz bandwidth with
maximum available responsivity.

B. Detector

Fig. 7 shows the core circuit of the square-law power de-
tector. Transistors M1-M4 have the identical size and are bi-
ased at the same voltage Vizso. M1 and M2 are configured as
a pseudo differential pair to remove the first-order harmonics
at the output. The bandwidth of the detector is also increased
because of differential topology. A replica stage (M3 and M4)
provides the DC component as a reference for detector to gen-
erate zero voltage output when input signal is zero. R4 and R5
convert the detector output from current to voltage domain. C1
and C2 at the output of the detector, combined with the resistors
R4 and RS, build a first-order 400 MHz lowpass filter to filter
out harmonic generated by the detector.

The pre-amp driving the detector is shown in Fig. 7. The
pre-amp driver acts as an active balun to provide the differen-
tial signal to the input of the detector. Also, the pre-amp driver
transfers the gate capacitance to match input 50 2 to charac-
terize input power during the test. The pre-amp driver is de-
signed to achieve a 6 dB voltage gain with minimum NF for re-
sponsivity calibration, because in the fully integrated imager, the
input impedance of the core detector is tuned to the preceding
stage instead of 50 €2. Since one output of the active balun needs
relatively high resistor (200 (2), the detector bandwidth is lim-
ited to 6 GHz due to the loading from the core detector.

C. Baseband Amplifier and Chopper

Following the detector is a two-stage Gilbert-cell-based am-
plifier to amplify in-band signal from the detector and filter out
the out-of-band noise. The bandwidth of the VGA is designed
to be 400 MHz, which covers up to fourth-order harmonics of a
maximum 100 MHz chopper speed to avoid SNR degradation.
In order to reduce the DC offset and 1/f noise at the detector’s
output, the input of VGA is AC-coupled with low cutoff fre-
quency of 1 MHz. The gain of VGA can be tuned from —20 dB
to 20 dB to adjust for different input power level to increase the
RX’s dynamic range.

The chopper is used to demodulate the modulated input signal
back to the baseband by multiplying it with -1 in opposite phase
of the control signal fed to the antenna switch. This chopping
technique removes the RX noise from the modulated signal at
the output of detector. Based on the structure of a passive mixer,
transistors are biased at zero voltage to avoid introducing ad-
ditional 1/f noise at the chopper’s output. In order to increase
switching speed, the chopper’s input is also AC-coupled to the
preceding VGA’s output and biased at 0 V. A 50 €2 resistor is
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Fig. 9. Die photo of the receiver chipsets. Die size is 1.5 X 2 mm?.

connected to the gate of the transistor to match the impedance
of the pulse generator to avoid reflection. A non-silicided re-
sistor is used at the output of the chopper, combined with an
off-chip capacitor from testing equipment, to form a lowpass
filter to average out the noise from the output signal. Since the
delay time of the front-end and baseband detector is comparable
to the switching period (ns), the front- and back-end choppers
need to be synchronized for maximum DC voltage output.

VI. EXPERIMENTAL RESULTS

The PMMW imager was fabricated in a 65 nm CMOS process
with seven metal layers. In order to report the measured re-
sults of both MMW front-end and baseband building blocks
and the entire system, a hybrid method using on-wafer testing
and chip-on-board measurements was carried out. Stand-alone
front-end and baseband are tested on-wafer, while two chipsets
are bonded on a RO4003 board to test the system performance
of the imager. The die photo of the 1.5 x 2 mm? passive imaging
chipset is shown in Fig. 9.

A. Front-End

The LNA exhibits a wideband input matching, a measured
peak gain of 15 dB, minimum NF of 7 dB and a —3 dB BW
of 12 GHz, as shown in Fig. 10(a). At room temperature, the
front-end RX has 35 dB of measured gain and 9 dB of measured
NF, shown in Fig. 10(b). The LNA, mixer/buffer, and the zero-IF
amplifier consume 42 mW, 16 mW, and 30 mW, respectively,
from a 1.2 V supply.

B. Tripler

The phase noise of the locking state is shown in Fig. 11(a).
The 9.8 dB at 2 kHz frequency offset phase noise degradation
compared to the input signal shows that the tripler contribute
less to the LO’s phase noise. The measured maximum locking
range of the tripler is shown in Fig. 11(b), which shows 11%
locking range to cover the 86 GHz LO frequency for process
variation. The supply voltage of the tripler is 0.8 V.

C. Detector

The on-chip buffer enables to bring out the detector signals
separately. The detector itself achieves a maximum responsivity
of 4500 V/W at 0.5 V gate bias voltage, which matches well with
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Fig. 12. (a) Detector responsivity and NEP versus frequency. (b) Detector re-
sponsivity versus input power.

the optimum bias voltage in the simulation using BSIM4 model.
In order to verify the wideband performance of the detector, the
input signal source is swept from 1 GHz to 10 GHz with power
of —25 dBm, together with detector responsivity, is shown in
Fig. 12(a). As mentioned before, due to the high impedance
node at the pre-amp’s output, the detector’s responsivity drops
to 3200 V/W at 6 GHz, which is nearly half of the responsivity
at 1 GHz. The measured NEP is also plotted on the right with
minimum NEP of 8.54 pw/ Hz'/? achieved at 1 GHz with higher
detector responsivity. Fig. 12(b) shows the detector responsivity
relative to the input power at 5 GHz. The measured P14p of the
detector, which is defined as the input power when detector re-
sponsivity drops 1 dB, is —9 dBm. The supply voltage of the
detector is 1.5 V.

D. Baseband Chipset

An AM-modulation input is used for testing purpose and to
emulate Dicke switch functionality. This approach makes it
easier to measure the detector’s responsivity. Before connecting
to the front-end chipset, the AM modulated signal, resembling
the output of front-end chipset, is fed to the baseband chipset to
test the functionality of the detector, VGA and the chopper with
low-pass filter. Fig. 13 shows the setup of baseband chipset
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Fig. 13. Baseband chipset measurement setup and measurement results.
(a) VGA output voltage waveform. (b) Baseband output voltage versus delay
between the front-end and baseband clocks.

measurement. Although the signal generator provides AM
modulated signal directly, the internal modulated frequency
cannot go higher than 1 MHz. Since the 1/f noise corner is
around 100 MHz, an alternative approach similar to two-tone
test is used here to achieve a higher modulation frequency.
The input pseudo AM modulated signal is generated by an
up-conversion mixer with 5 GHz LO and 15 MHz IF frequency.
Since the pseudo AM modulated signal only contains two tone
symmetric around 5 GHz, the detector converts the signal into
DC and 2 * IF frequency by square law function. The DC
component is filtered out by the VGA’s high pass filter at the
input. By enabling on-chip buffer to the output, the measured
modulated square wave at the output of the VGA is shown
in Fig. 13(a). By changing the controlled voltage, the output
of the VGA is also changing accordingly to different gain
setting. Therefore, the dynamic range of the passive imaging
can be increased. As the switching speed increases, the front-
and back-end switches need to be synchronized to avoid SNR
degradation. The chopper’s control signal is set to twice the
IF frequency, because the VGA’s output signal is at twice
IF frequency due to the pseudo AM modulated input signal.
Fig. 13(b) shows different delay between input and clock
control of the chopper leads to different output voltage.

E. Receiver Chipsets

The front-end and baseband chipsets are wire-bonded to the
PCB board (shown in Fig. 14) to characterize system measure-
ment. Since the output signal of front-end has a large band-
width of 6 GHz, the RO4003 substrate was used to reduce the
signal loss and noise coupling from the board substrate. The
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signal is fed through a MMW waveguide probe to the input
of the front-end chipset. After frequency conversion and am-
plification, the IF signal is brought to the board via wirebond
and fed to the input of the baseband chipset. The output of the
baseband chipset is probed and measured. All DC supply volt-
ages provided on-board are fed to the chipsets through wire-
bond. A bias-tee using off-chip high-quality inductor and ca-
pacitor is inserted between front-end and baseband chipsets as
an open-drain buffer to the front-end. The inductance and ca-
pacitance are 6.8 nH and 5.6 pF, respectively. Carefully chosen
self-resonate frequency (SRF) minimizes the insertion loss of
the bias-tee, which is modeled in the simulation. Two chipsets
are put close to the bias-Tee to reduce the bondwire length. The
EM and estimated inductance is around 1 nH. Ground pads are
also bonded to reference the signal to the same ground so as
to reduce the return-current discontinuities of the two chipsets.
The distance between two GSG pads is 5 mm.

In order to demonstrate the Dicke switching concept and mit-
igate 1/f noise, a two-tone signal, similar to the one used in base-
band measurement, is generated to emulate the AM-modulated
signal. Fig. 15 shows the measured responsivity and NEP of the
radiometer with input power at 91 GHz. The 91 GHz frequency
was chosen to ensure that worse-case responsivity is accounted
for in the measured plot of Fig. 15. The input 1-dB compression
point is roughly —44 dBm, which is high enough for passive
imaging application. Fig. 15 shows measured and expected re-
sponsivity and NEP of the RX chipset with respect to frequency
(Pin = —55 dBm). The peak responsivity and minimum NEP
of the radiometer are 16 MV/W and 6.13 fW /Hzl/ % respec-
tively, which are measured at 88 GHz. The frequency depen-
dency of responsivity in Fig. 15 is, in fact, caused partially by
the input pre-amp to the detector (specifically used to measure
input power of the detector) as well as off-chip interconnect. The
input pre-amp does not use any BW-enhancing inductors and
provides 50 Q input impedance matching without adding sig-
nificant noise to overall detector NEP. The frequency response
of the detector’s responsivity includes the frequency response of
the pre-amp. The total system NETD is 1.28K, which is based on
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TABLE I
PERFORMANCE SUMMARY OF THE RECEIVER CHIPSETS
Front-end Baseband
LNA + Mixer + Zero-IF Detector
. Responsivity
Gain (dB) 35 (VW) 6000
Noise Figure (dB) 8.9 NEP (pW/Hz'2) 8.54
Bandwidth (GHz) ® 01~2 92) VGA + Chopper + LPF
Tripler Gain (dB) 20
Locking Range (GHz) | 85~95 |oandwidth (MHz) 400
LPF BW (Hz) 500K
System
Responsivity (kV/W) 16147 Average NEP
8.8
3dB Bandwidth (GHz) | 81 ~ 91 (fW/Hz'"2)
Integration Time (ms) 30 NETD (K) 1
Power (mW)
Front-end 93.2 Baseband 8.4
Technology 65nm CMOS | Size (mm x mm) 1.5x2

the average NEP over the 5 GHz IF bandwidth (given a 20 ms in-
tegration time) [42]. The reason to use 5 GHz bandwidth instead
of the 10 GHz RF bandwidth is because the advantage of DSB
NF in the mixer has been used in the NEP. That means it cannot
be exploited again in NETD’s calculation [19]. If the integration
time increases to 30 ms, the total system NETD can be reduced
to 1K, which is acceptable for imaging application. Table I sum-
marizes the performance of the Rx chipsets. Considering the
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TABLE II
COMPARISON OF STATE-OF-THE-ART W-BAND FRONT-END
Frequency Technology Front-end | Front-end | Front-end | Power | Area
(GHz) f/f,. (GHz) Gain (dB) | NF (dB) [P1dB (dBm)| (mW) |(mm?)
iGe HBT
[9] 85-96 Sice 31 52 -30 700 1.02
froax = 300
[43] 75-91 65nm CMOS 13 75 -16 89 0.23
[44] 73 - 81 SiGe 46 7.0 -38 195 1.7
[45] 77-83 SiGe 37 8 -27.5 161 2.25
[47] 94 SiGe 20 12 -31 1485 | 0.1
This
80 -92 65nm CMOS 35 8.9 -40 93.2 2
work
TABLE III

COMPARISON OF STATE-OF-THE-ART W-BAND RADIOMETER. (ALL NETD CALCULATIONS ARE BASED ON THE SAME 30 MS INTEGRATION TIME)

Frequency | Technology | Responsivity | Average | NEAT | Power | Area
(GHz) F/frnax (GH2) (kVIW) NEP | (K) | (mW) | (mm?)
[48] 94GHz Microbolometer 0.017 19 450 N/A N/A
8x8 array
[49] | 89.5-935 Discrete N/A 0003 | 05 | NA | NA
component
0.13um InP * *
[50] 94 HEMT 485 0.0001 1 60 2.75
[18J# 81-93 65nm CMOS 210 0.09 4.4 39.6 0.41
[421* 85-99 0.12um SiGe 5000 0.021 0.83 34.8 0.4
This
81-91 65nm CMOS 16147 0.009 1 101.6 3
work

* means LNA only
# means on-chip switch

2.3 dB insertion loss of the Dicke switch [42], the total system
NETD increases to 2.2K (given a 20 ms integration time). Al-
though the NETD with Dicke switch exceeds the 1K require-
ment, it is possible to reduce the NETD if the RX’s bandwidth
increases. Assuming the same average NEP (8.8 fW /Hzl/ 2
with 11 GHz bandwidth, the RX’s NETD with on-chip Dicke
switch can be reduced to 1K with a 20 ms integration time.
The expected responsivity and NEP of two chipsets, calculated
from separate measurement of front-end and baseband, are also
shown in Fig. 15. The chipsets are expected to achieve a total re-
sponsivity of 16.5 MV/W and an NEP of 6.07 fW /Hz!/2. The
measured performance is close to the expected one, which ver-
ifies that the board implementation introduces negligible per-
formance degradation. In addition, the system bandwidth can
be further increased to 5.5 GHz if two chipsets are integrated
together, as shown in the expected responsivity curve. Consid-
ering the average NEP of 7.6 fW/ Hz!/? over 5.5 GHz band-
width, the two chipsets are expected to achieve a NETD of 1K
with a 20 ms integration time. The performance of the W-band

receiver front-end and radiometer are summarized and com-
pared with the state-of-the-art in Tables II and III respectively.

VII. CONCLUSION

A W-band CMOS radiometer front-end and detector
baseband chipset solution has been presented. System level
considerations have been described to address several problems
facing in the implementation of a practical PMMW radiometer
using advanced CMOS technology. A direct-conversion RX
front-end with a frequency tripler and a baseband detector
architecture was implemented. The two chipsets exhibits a total
responsivity of 16 MV/W, NEP of 6.13 fW/Hzl/2 and a Dicke
NETD of 1.28K with a 20 ms integration time. Given 30 ms
integration time, the total system NETD can be deduced to 1K,
which demonstrates the feasibility of using CMOS for future
generations of low-cost multi-pixel portable passive imaging
cameras.
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